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I.

INTRODUCTION

Rapid increase in the bandwidth of optical links in Internet
backbones (4x per generation) is driving the development of
high-speed electrical links within the core of the router to
sustain the increase in required switching throughput. Similar
bandwidth growth occurs in other chip-to-chip applications. All
these applications are entering the region of multi Gb/s rates
over cables or backplane traces. Channel bandwidth limitations
lead to Inter-Symbol Interference (ISI), which is becoming the
dominant limit to the overall performance of the system. Both
improved channels and chips that make better use of the
available bandwidth are needed for link performance to
continue to scale. However in many applications the channel is
given, forcing a design to focus on how to achieve better
bandwidth utilization.
Often tight power constraints and very high throughput
requirements limit the complexity of digital communication
algorithms that can be implemented in these chips, forcing
designers to use less studied, inferior communication
architectures. Furthermore, high-speed links have a set of noise

Electrical link channels are stationary and band-limited, but
there is a large variation among different channels in the
backplane due to different lengths and impedance mismatches
(transmission lines, connectors, on-chip parasitics and
terminations). Example backplane channels are shown in
Fig. 1, illustrating the span in channel characteristics within
one backplane (a), and between legacy and improved
microwave engineered designs (b). The most dominant
band-limiting effects are skin-effect and dielectric loss, while
impedance mismatches cause multi-path-like reflections that
form notches in the frequency response and persist in the
channel many symbols after the main signal component has
been received.
In order to accurately estimate the achievable data rates on
these channels, it is essential to correctly model the
link-specific noise sources, both fundamental and those that are
a result of the high-throughput requirements. So we first focus
on the derivation of these noise models. We then evaluate the
impact of these noise sources on the capacity limits of the highspeed link channels, and the effective usable bandwidth.
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sources such as phase noise, sampling offset and supply noise
that cannot be modeled as additive white Gaussian noise
(AWGN) processes. This paper addresses these issues by
describing a framework that can be used to evaluate the
bandwidth limits of these high-speed channels, and provides
information so that the designer can compare the efficiency of
different communication architectures.
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Abstract—Multi-Gb/s high-speed links face significant challenges
in keeping up with the increase in desired data rates. In the
evaluation of achievable data rates, it is necessary to include both
link-specific noise sources and implementation driven
constraints. We construct models of these noise sources and
constraints in order to estimate the theoretical limits of typical
high-speed link channels. In order to estimate the data rates of
practical baseband architectures, we solve the power constrained
optimal linear precoding problem and formulate a bit-error rate
(BER) driven optimization, including all link-specific noise
sources. The problem is shown to be quasiconcave, hence, a
globally optimal solution is guaranteed. Using this optimization
framework, we show that practical data rates are mainly limited
by inter-symbol interference (ISI) due to complexity constraints
on the number of precoder and equalizer taps. After these
constraints are removed, we further show that slicer resolution
and sampling jitter are limiting the higher bandwidth utilization
provided by multi-level modulations. Better circuits are needed to
improve the bandwidth utilization to more than 2bits/dimension
in baseband.
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Figure 1. a) Frequency response of different channels within the same
backplane: FR4 material, 9" and 26" trace length, top and bottom routing
layers, b) Legacy and improved channels FR4 with stub and Nelco 26" counter
bored to reduce reflections; (these two channels will be used for comparison
throughout the paper)
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Practical signal-processing architectures in high-speed links
are restricted to linear processing in the transmitter and rangerestricted feedback equalization in the receiver, due to highthroughput requirements and lack of precision components
(sampling resolution) in the receiver. Approximately optimal
methods for linear precoder design under power constraints
were first addressed in [1]. Building on their work, we
formulate the precoding problem as a quasiconcave
optimization problem with a globally optimal solution [2].
Given very low uncoded bit-error-rate (BER) requirements
(lower than 10-15), the optimization is BER driven with realistic
noise sources for this type of environment, and peak power
constrained to accommodate the integrated circuit (IC)
signaling requirements.
Using this optimization framework we obtain the
achievable data rates for practical baseband architectures with
combinations of linear precoding and feedback equalization,
allowing us to obtain data rates for system complexities similar
to state-of-the-art links [3,4]. The optimization framework can
easily be generalized to a multiple-input multiple-output
(MIMO) system.
Given that energy efficiency is critical in high-speed links,
we also estimate the energy costs of different architectures and
how these costs scale with technology.
II.

NOISE MODELS

Since noise, rather than deterministic effects like ISI,
imposes capacity limits, we first derive the expressions for
link-specific noise sources. While in many communication
systems components can be designed so well that thermal noise
is the real limiting factor, in high-speed link systems, highthroughput requirements yield circuits that result in
non-negligible system noise, such as limited sampling
resolution, sampling and carrier jitter.
A. Thermal Noise
The root causes of thermal noise in links are 50Ω
terminations at the receiver. The noise figure of the receiver
circuitry adds several dB to the termination noise level.
Although the input bandwidth of the link is limited by the
on-chip parasitics (due to transmit and receive circuits and
electro-static discharge protection circuits), we assume that this
bandwidth will always scale approximately with the signaling
rate. In that scenario thermal noise spectral density is around
(1nV)2/Hz, which is ~70dB down from the peak output energy
of a typical IC transmitter at 10GHz Nyquist frequency, with
transmitter output voltage swing constrained to ±500mV. This
very high transmit signal-to-noise ratio (SNR) indicates that in
order to truly estimate the performance of the link we need to
consider other noise sources as well.
B. Slicer Resolution
Sampling resolution (the minimum voltage level that can be
distinguished by the receiver slicer in the absence of other
noise sources) is affected by several factors such as receiver
static offset, input-referred supply noise and the overdrive
required such that the slicer obtains the decision within a
certain period of time (usually connected with system
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Figure 2. Jittered pulse decomposition. A symbol transmitted with jitter is
converted to a symbol with no jitter (1), plus a noise term where the widths of
the noise symbols (2) are equal to εkTX and εk+1TX.

throughput). Static offset occurs due to transistor mismatch
from statistical process variations [5]. While it has statistical
nature, the values are fixed once the chip is fabricated. While
these offsets can be corrected to first order, this same mismatch
limits the ability of the receiver to reject the supply noise of the
IC environment [6]. The residual error is non-negligible, and
we will use ±10mV as the required sampling resolution. This
value represents the residual error plus the required overdrive.
C. Sampling Jitter
The next noise source we consider is caused by jitter in the
transmitter clock and the receiver clock. We need to map this
jitter to voltage noise at the slicer input. Transmitter jitter
modulates the position of both the beginning and the end of the
symbol, while receiver jitter modulates the sampling position
of the slicer.
Fig. 2 shows how we decompose a noisy symbol into a
noiseless symbol 1 and two noise pulses1 caused by the jitter 2.
Independence of the jitter process, ε, from the data stream, b,
implies the independence of signals 1 and 2, in Fig. 2. Since the
two noise pulses are much narrower than the reference symbol
pulse, we can approximate them with delta functions. When
such noisy symbols pass through the channel filter, our
approximation by delta functions is effectively equivalent to a
zero-order approximation of the convolution integral.
With these assumptions, we create the system model,
Fig. 3, where noiseless symbols pass through the standard
channel pulse response block p(nT), while the noise pulses pass
through the impulse response block offset by half the symbol
time h(nT+T/2). The effect of receiver jitter is found using the
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Figure 3. System model with transmitter and receiver sampling jitter. Since the
noise pulses caused by transmitter jitter are narrow they are represented by
impulses located at the edges of the symbol (1/2 a symbol from the symbol
sample point) and after passing through the channel act as independent additive
noise to the input data.
1

In real high-speed link system implementations, basis functions are usually
in the form of a square pulse as considered here, but the arguments are valid
for any arbitrary pulse shape.
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same model and shifting the entire transmit sequence by the
amount of receive jitter.
The resulting expressions for samples at kT, (1a), corrupted
by ISI, (1b), and voltage noise due to transmit and receive
jitter, (1c,d) are:
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where εkTX and εkRX are samples of transmit and receive jitter, bk
the value of the transmitted symbol, with sbS and sbE as start
and end indices of the impulse response sequence, and
pn=p(nT) and hn=h(nT+T/2) samples of pulse and impulse
responses, at nT and nT+T/2, respectively.
By deriving the autocorrelation functions for the noise
samples from transmitter jitter, (1c) and receiver jitter, (1d), we
were able to show that high frequency transmitter jitter creates
much bigger voltage noise than high-frequency receiver jitter
[7] (for example, with white Gaussian jitter with 1.4ps rms at
6.25GSymbol/s, the transmit and receive jitter induce noise
voltages at the slicer input of 3mV and 1.6mV rms,
respectively, out of +/- 500mV of transmitter output swing).
In case of transmit linear precoding, bk=wTak, where w is
the precoding vector and ak is the transmit alphabet vector, the
autocorrelation functions of voltage noise from transmit and
receive jitter can be shown to be of the form2:

where Ea is the average energy of the transmit alphabet, a,
th
R ( m) = E (ε kTX ε kTX+ m ) is the m sample of the autocorrelation
function of transmit jitter, assuming that both jitter and data
processes are stationary and that data is uncoded (i.e.
independent), and In is the identity matrix shifted right by n
places.
D. Carrier Jitter (Phase Noise)
Carrier phase noise is present in any multi-tone
implementation of high-speed links and induces some cross
talk or interference between the real and imaginary parts of the
signal. For narrow bandwidth communication, the received
signal can be represented as a function of the transmitted
symbol, channel frequency response and carrier phase noise in
transmitter and receiver
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CAPACITY ESTIMATES

Having described the properties of the link-specific noise
sources, we try to estimate their impact on the capacity of the
link. To make the analysis more accurate, we also impose a
peak power constraint, readily present in high-speed links.
In estimating the capacity of the link, we use the waterfilling
solution3 [8]. Assuming the source signal distribution as

Note that in this form, the variance of voltage noise due to transmit and
receiver jitter (RxjitTX,RX(0) sample of the autocorrelation in (2)) is actually a
square of the l2 norm in w since the inner matrix is positive semi-definite.
This convex form will be used later in Section V.
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(4)

RX

where Ea is the average transmit alphabet energy and
RθTXnoise(m) and RθRXnoise(m) are the autocorrelation functions of
transmitter and receiver carrier phase noise.
III.

From (2), the autocorrelation can be compactly written as:

TX

e j (θ noise −θ noise )

The phase noise term in (4) results in mixing of the real and
imaginary parts of the signal, which causes signal proportional
noise with autocorrelation:

( k ) = ε kRX (hn − hn −1 )

where A(k) is the transmit alphabet matrix, and preW and
postW are the number of taps before and after the main
equalizer tap.

jϕ aTX

where ωc is the carrier frequency, H(jωct) is the channel
response at the carrier frequency, aTX is the magnitude and ϕaTX
the phase of the transmitted symbol, and θTXnoise and θRXnoise
transmitter and receiver carrier phase noise, respectively.

Rx pn (m) = Ea H ( jω c t )

Rx jitTX ,RX (m) = w E A ( k ) J

(3b)

ε TX

TX
n −1 k − n +1

k −n

x kjitRx = ε kRX

k −n

Rx jitRX (m) = w SmRX w ,

(3a)

3

While this is exact for thermal noise, which is Gaussian, it is not exact for
phase (carrier) noise since the capacity is achieved in that case when the sum
of the signal and voltage noise due to phase noise is Gaussian. However, given
that phase noise variance is usually much smaller than one, the Gaussian
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The capacity curves with thermal noise are shown in
Fig. 4a,b, for the best and worst channel, respectively. Due to
the peak power constraint and very low BER requirements, we
are interested in plotting capacity curves vs. clipping
probability of the transmitted signal, determined by the PAR.
The phase noise of state-of-the-art frequency synthesizers,
based on the LC oscillators [11], with a standard deviation of
phase around 0.5°, further degrades the capacity by up to 5%.
Using frequency synthesizers based on ring oscillators [3], and
adding the phase noise from thermal and supply noise in carrier
distribution buffers, results in up to 5° of phase noise standard
deviation, which degrades the capacity by about 20%. In
addition to this, with higher phase noise, capacity becomes less
dependent on signal energy (and therefore clipping
probability), since phase noise introduces a signal proportional
noise source, (5).
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It is also of practical interest to see how much uncoded
integer constellation (like QAM) affects the data rate, so Fig. 5
shows integer loading curves with thermal noise for a gap of
13.3dB, corresponding to a BER of 10-15. Modifying the LevinCampello loading algorithm [12] to include the effects of
carrier phase noise, we note that degradation in data rate is
slightly more pronounced than that in capacity. With
constellation increase, the required energy per channel
increases faster than the minimum distance of the integer
constellation points, causing the phase noise (which is
therm al noise
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where σ2thermal is thermal noise spectral density, σ2θn is the sum
of transmitter and receiver variances of phase noise of tone n,
similar to (5), and N is the total number of tones.
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Figure 5. Data rate curves for integer loading with gap for BER=10-15, for best
(a) and worst channels (b), with thermal noise, phase noise from LC and ring
oscillator based PLL, obtained using the modified Levin-Campello loading
algorithm [12], to account for the effects of phase noise.

proportional to energy), to become a more limiting factor than
in the capacity case, where both signal and noise are
proportional to energy and scale evenly.
The capacity estimates and data rate results in Figs. 4-5
show that even for very low BER requirements, and realistic
noise sources, the achievable data rates are very high. Loading
algorithms effectively use the channel up to Nyquist
frequencies of 10GHz, as shown in Fig. 6, indicating that
fundamental noise sources are too small to significantly limit
the data rates.
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Gaussian, for a fixed peak-to-average ratio (PAR), capacity
achieved by waterfilling with Γ=1 (gap, defined in [9]) is a
concave optimization problem4:
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Currently, state-of-the-art links achieve up to 10Gb/s rates over
similar channels [3,4]. The main obstacle for practical systems
achieving the data rates projected in Fig. 5 is effective ISI
elimination. Additionally, great effort has to be put into
improving the sampling resolution of the receiver, since this
further reduces the achievable data rates.

b) FR4

In the following section we will illustrate the limitations of
practical baseband techniques within the constraints imposed
by the high-speed link IC environment.
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channels (b), with thermal noise, phase noise from LC and ring oscillator based
PLL.
distribution of the signal overwhelms the distribution of voltage noise due to
phase noise and the resulting sum is mostly Gaussian.
4
This can be easily shown by examining the convexity in t on any energy line
En=Eon+tEsn [10].
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PRACTICAL ARCHITECTURES

A typical baseband high-speed link architecture is shown in
Fig. 7, [3]. The link uses transmit precoding and analog
decision feedback equalization. Transmit precoder replaces the
standard receiver based feed-forward filter, since at very high
symbol rates it is hard to create either a programmable analog
feed-forward filter or high enough resolution (more than 6 bits)
analog-to-digital converter [13] and implement the filter
digitally.
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Figure 7. Baseband high-speed link architecture with transmit precoding and
receiver decision feedback equalization

The decision feedback equalization (DFE) loop typically
has a latency that is longer than a symbol time due to speed
limitations in the receiver circuits, hence DFE is only used for
reflection cancellation, [3]. The loop latency problem can be
overcome to a limited extent using "loop unrolling" [14,15].
This enables the cancellation of a few immediate ISI taps that
are essentially the most critical ones, since due to pulse
dispersion they carry most of the ISI energy. Unfortunately, the
complexity of loop unrolling grows as ML with L being the
number of taps and M the number of levels of modulation,
hence its practical application is limited to PAM2 systems.
With increase in the desired data rates, the precoder and
feedback equalizer lengths increase significantly, decreasing
the power efficiency of the link. In addition, the precoding loss5
increases, limiting the achievable data rates in the presence of
noise. In order to estimate the performance limits of such
architectures, we derive a convex optimization framework that
incorporates the link-specific noise sources in convex form and
obtains globally optimal precoder and feedback filters.
V.

OPTIMIZATION FRAMEWORK

It is well known that in the linear receiver equalizer
problem, the minimization of mean square error (MSE), a
quadratic form in equalizer taps, after unbiasing results in
maximum signal-to-interference-and-noise ratio (SINR) and
minimum BER6, [16].
Considering the system with a linear precoder, Fig. 8, we
can formulate the MSE criterion, (7), whose form is similar to
that of the linear receiver equalizer problem.

(

T

T

)

(7)

MSE ( w, g ) = Ea 1 − 2 g w P1∆ + g 2 w PP T w + g 2σ 2

where w is the precoding vector, P is the Toeplitz matrix of the
channel pulse response, g is the scalar receiver gain, 1∆ is the
power
constraint

ak

w

P

precoder

channel
pulse response

g
noise

â k

ek
ak

Figure 8. Precoding system with transmit power constraint and scalar gain in
the receiver.
5

Similar to the linear receive equalizer noise amplification problem. While
the l2 norm of the linear equalizer amplifies noise in the receiver, the l1 norm
of the transmit precoder attenuates the transmitted signal in case of peak
transmit power constraint.
6
BER here is defined assuming a mean distortion approximation, i.e.
approximating the residual ISI as Gaussian noise.
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Due to the power constraint, the precoder is not able to
compensate the loss of the signal in the channel, but rather just
compensate the ISI, while the gain element in the receiver
compensates for the amplitude loss of the received signal. Thus
the gain element effectively causes noise amplification.
In previous work on the optimization of a linear precoder,
approximately optimal methods are derived, without using the
gain element in the MSE criterion, [1]. It is also shown that
such MSE criterion is sometimes inferior to the zero-forcing
solution (ZFE), scaled to satisfy the power constraint. We
extend that work by showing that the minimization of the MSE
formulated using the receiver gain element, (7), is equivalent to
SINR maximization, and therefore minimizes the BER.
From (7) the optimal gain g* can be derived:
T

g ∗ ( w) =

w P1∆
w PP w + σ 2 / Ea
T

(8)

T

which, when substituted in (7) yields
T

∆ MSE ( w, g ∗ )
1
Ea ( w P1∆ ) 2
1
=
= 1−
=
T
2
T
SINRbiased
Ea
SINR
Ea w PP w + σ
unbiased + 1

(9)

where SINRunbiased represents the "true" (unbiased) signalto-interference-and-noise ratio, and is defined as
∆

SINRunbiased =

T

Ea ( w P1∆ ) 2
T
T
Ea w P (I − 1∆ 1∆ )(I − 1∆ 1∆ )T PT w + σ 2
T

(10)

where wTP1∆ represents the main tap of the received pulse
response, and wTP(I-1∆1∆T)(I-1∆1∆T)TPTw the square of the l2
norm of the residual ISI in the precoded pulse response.
The identity in (9) shows that minimization of the MSE
defined as in (7), indeed results in maximization of the
unbiased SINR. However, the convenient quadratic cost
function is lost and the resulting problem is to maximize the
SINR, which is a fractional quadratic programming problem,
known to be non-convex [2,17].
Since our final goal is to minimize BER, starting from (10)
directly, we note that the argument of the BER function is the
square root of (10), resulting in the ratio of wTP1∆, an affine
function in w, and the l2 norm of wTP(I-1∆1∆T) and σ, which is
convex in w. It can be shown that maximizing this ratio is a
quasiconcave programming problem with a global optimum
[2], and can be efficiently solved by, for example, bisection
[10].
Given that our final target is to minimize the actual BER,
the BER function used in the optimization must be a very close
approximation of the actual BER. Due to the very low BER
requirements in high-speed links, it has been shown [18] that
the Gaussian approximation of ISI, which leads to a BER
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(

s.t.

)

1/ 2

(11)

w 1 ≤1

where the l1 norm of w is limited to 1 to satisfy the peak
output power constraint, and IPD is the diagonal matrix that
selects the residual ISI components to be considered for peak
distortion. The average energy of the transmit alphabet, Ea,
and minimum distance in transmit alphabet constellation, dmin,
assuming PAM modulation, are related to peak transmitter
voltage Vpeak by
d min =

2V peak
M −1

, E a = Tsymbol

2
V peak
( M + 1)

3( M − 1)

, M = 2b .

(12)

Since the variances of voltage noise due to transmitter and
receiver sampling jitter are convex (quadratic) functions of
precoder taps, we can also add the impact of sampling jitter,
from (3a,b), to the noise term σ2 in (11), so the resulting noise
variance is σ2=wTS0TXw+wTS0RXw+σ2thermal. The effect of
limited slicer resolution is added to (11) in the term offset. In
this way, we managed to include all of the described linkspecific noise sources into the optimization framework in (11).
The quasiconcave formulation of the optimization problem in
(11) guarantees a globally optimal solution for the linear
precoder, i.e. the one that achieves the minimum BER.
This framework can easily incorporate DFE in addition to
transmit precoding. The optimal setting for feedback taps is to
zero force the corresponding causal ISI in the received signal
with precoding. Thus, prior to determining the precoder
coefficients, we only need to pre-process the channel Toeplitz
matrix, in such a way as to put "don't care" values on those
residual ISI samples of the signal with precoding, whose
indices correspond to the feedback taps that are to be used. This
can be achieved by simply eliminating the columns of the
channel Toeplitz matrix whose indices correspond to the time
index of the feedback taps. Such a "punctured" Toeplitz matrix
is then used in (11) to obtain the optimal transmit precoder
coefficients. The feedback taps then just zero force the
remaining response at particular tap indices.
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Figure 9. Sensitivity of BER to changes in: a) thermal noise, b) jitter, for 5 tap
precoder with coefficients from scaled ZFE and optimization in (11). The
system transmits PAM2 at 10Gb/s, with the Nelco channel.

Using this optimization framework we next evaluate the
performance limits of practical implementations.
VI.

DATA RATES FOR PRACTICAL IMPLEMENTATIONS

Fig. 9 gives the sensitivity of a 10Gb/s 2-PAM Nelco
backplane link to thermal noise and jitter. It also compares the
link results from using scaled ZFE and the optimization results
from (11). The effect of changing the effective thermal noise is
shown in Fig. 9a, and effective jitter in Fig. 9b. For Fig. 9, and
all the data given in this section a noise figure of 7dB is added
to (1nV)2/Hz thermal noise of termination resistors, to account
for thermal noise in the slicer. In addition when noted we will
also assume 10mV of slicer resolution, and sampling jitter from
a ring oscillator PLL with a standard deviation σε=5° [3].
It is clear that noise from jitter is dominant in this link.
Voltage noise due to jitter is especially harmful since it is
proportional both to signal energy and jitter variance. This
means that the only means to improve the system performance
after system optimization is to minimize the jitter variance by
careful circuit design.
Using our optimization framework we can now compare
the expected performance of a number of different link
architectures. Fig. 10 gives the achievable data rates if there
were not any complexity constraints – using the precoder as a
feedforward filter and assuming perfect feedback equalization
in the receiver – and the links were limited by only thermal
noise. The plot gives the performance range between the best
and worst channels for different levels of modulation.
45
Data rate [Gb/s]

T

0.5d min w P1∆ − V peak wPI PD 1 − offset
maximize γ =
T
T
T
w
E a w P(I − 1∆ 1∆ − I PD )(I − 1∆ 1∆ − I PD ) T P T w + σ 2

0
log10(BER)

function defined as Q ( SINRunbiased ) is usually not very accurate
for BERs <10-5. The main reason is that in fixed length
precoders/equalizers ISI energy is dominated by a few very big
residual components of dispersion component of ISI, but the
total number of ISI taps is large due to reflections (which are
much smaller than residual dispersion components). Since such
ISI is not identically distributed, it cannot be well approximated
with Gaussian distribution. To avoid this effect, we propose a
mix of peak distortion and mean distortion criterions to achieve
higher accuracy in BER approximation. It is only necessary to
assume that a few big residual ISI taps are frequent enough to
be considered as a constant shift from the mean value of the
received signal, and the rest of the taps can be then well
approximated with a Gaussian distribution. The resulting
optimization, (11), is still quasiconcave.

40
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Figure 10. Data rates for 50-tap precoder with 80-tap feedback equalizer on
best and worst channels with thermal noise, using different modulation levels.
The lines correspond to the range of best achievable rates between the best and
the worst channel. Target BER=10-15.
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and sampling jitter are limiting factors for the application of
multi-level signaling techniques (higher than PAM4).
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Any form of feedback equalization on dispersion ISI taps
improves the performance, as shown in the PAM2 example
where loop unrolling is used to cancel the first causal ISI tap.
In order to achieve very low BERs, it is also essential to
remove the long-latency reflections.
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Figure 11. Data rates for 50-tap precoder with 80-tap feedback equalizer on
best and worst channels, using different modulation levels in the presence of
a) thermal noise and sampling resolution, b) thermal noise, sampling resolution
and jitter.

Using higher levels of modulation in Fig. 10, the system
more efficiently utilizes the effective channel bandwidth (912GHz, from bit loading in Fig. 6), and achieves very high data
rates. However, we need to look at other sources of noise in
order to evaluate the efficiency of multi-level modulations. In
Fig. 11a, we add the receiver sampling resolution requirement,
and in Fig. 11b, sampling jitter.
Sampling resolution imposes a constraint on the minimum
distance between constellation points, so that one cannot add
more constellation points within the peak power constraint
without degrading system performance. This limits higher
bandwidth utilization.
With good oscillator design, jitter noise is not dominant for
small constellation sizes. However, since jitter noise energy is
proportional to signal energy, it becomes more detrimental as
energy remains the same and minimum distance between
constellation points decreases. Therefore, jitter noise also
prohibits the use of large constellations.
It is interesting to mention that a precoder filter alone has
very poor performance, even without any constraint on
complexity, due to the peak power constraint and large amount
of ISI in the channels. Fig. 12 shows the projected data rates of
practical baseband link architectures, keeping the
complexity/power within the power budget of state-of-the-art
links [3]. Since the large ISI can’t be completely compensated
now, higher PAM modulations start to fail.
From Figs. 10-12, we see that both the receiver resolution
b) Thermal noise & offset
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Figure 12. Achievable data rates with different noise sources for two
architectures ( ) 5 taps of transmit precoding with 20 taps of windowed
reflection cancellation, similar to [3], with different levels of modulation, (o)
same architecture, with "loop unrolling" by one extra tap of feedback
equalization with no latency [7] (only PAM2 modulation is practical due to
exponential growth in complexity).
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TxTap
1
1.5

ENERGY COST OF LINK COMPONENTS
RxTap
0.3
0.45

RxSamp
2.2
5.9

PLL
8
4

CDR
11
5.5

All costs are in units of mW/(Gb/s). TxTap is cost per transmitter precoder tap, RxTap per
feedback equalizer tap, RxSamp cost of sampling front-end, PLL cost of the phase-locked loop and
CDR is the cost of the clock and data recovery loop [3].

10
PAM2

6

0
0

PAM

14

12 PAM16

10

TABLE I.

16
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PAM8

VII. LINK ENERGY
Another important measure for high-speed links is the
energy efficiency of data transmission, measured in
mW/(Gb/s). Table I shows the energy efficiency cost for
different link components that were taken from a recent link
design [3]. A transmit precoding tap is more expensive than
feedback equalization tap due to the larger size of the
transmitter devices required to drive the desired output power.
At the receiver, the size of the feedback taps can be smaller
since the channel already attenuates the received signal. It is
also interesting to note that although the cost of precoder and
feedback equalizer taps increases with the number of levels of
modulation (due to thermometer coding), the cost of the
supporting blocks like synchronization (phase-locked loops and
clock and data recovery loops) drops due to lower symbol rate
requirements for the same data rate. It is also important to note
that with ±500mV peak output swing in the transmitter, in a
differential system the output power is fixed to 20mW,
regardless of data rate.

20
Data rate [Gb/s]

a) Thermal noise

18

Data rate [Gb/s]

Data rate [Gb/s]

20

Our results clearly show that multi-level modulation
together with precoding and feedback equalization with no
latency is essential to achieving high data rates. In fact, the data
rates of infinite length precoders and feedback equalizers are
achievable with about 50 precoder taps and 80 feedback taps
with no latency gaps. These rates, although high, are still not
very close to the data rates projected in Fig. 5, for integer
multi-tone constellations with thermal and phase noise. While
improving the performance of baseband techniques is
challenging, to achieve the rates projected in Fig. 5 will require
the implementation of a practical multi-tone system that
operates at these channel bandwidths.

Using the data from Table I, and achievable data rates for
different architectures from Figs. 11 and 12, we plot in Fig. 13
the energy-efficiency of different architectures vs. data rate, for
PAM2 and PAM4 modulations. The data indicates that for
architectures with large numbers of taps, multi-level techniques
are less energy efficient, since multi-level taps are more costly
(due to thermometer coding), while for architectures with a
small number of taps, multi-level architectures are more
efficient since they decrease the amount of energy that is
consumed in the supporting part of the link (for
synchronization and clock generation).
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